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Large-Signal Technique for Designing
Single-Frequency and Voltage-Controlled

GaAs FET Oscillators

CHRISTEN R.AUSCHER, MEMBER, IEEE

A bstracf— A systematic procedure is described for designing fmed-

frequency and voltage-tuned GSAS FET oscillators for optimum Iarge-signat

performance. The approach is based on the use of a large-signal FET

model for de-embedding dominant device nordinearities, leading to a

method which is both accurate and simple to apply. The viability of the

techsdque is demonstrated with a 17-GHz fixed-frequency oscillator and a

7.4 to 13.1-GHz varactor-tuned oscillator. Design considerations as well as

measured performance characteristics are discussed in detail.

I. INTRODUCTION

C ontinuing efforts to improve GaAs FET performance

characteristics have predominantly been focused on

amplifiers for both low-noise and high-power systems ap-

plications at increasingly higher microwave frequencies.

The GaAs FET is also an attractive candidate for use in

efficient microwave oscillators, including broad-band tuna-

ble sources. From the point of view of nonlinear device

operation, the two types of circuits are quite similar. Thus,

except for a few secondary aspects, device technology and

device characterization techniques developed for amplifier

purposes can be readily carried over to meet GaAs FET

oscillator design needs as well.

Prior to the development of methods for describing and

predicting large-signal GaAs FET behavior, oscillator de-

signs have relied chiefly on small-signal criteria. Although

these criteria generally lead to accurate predictions of

oscillating frequency, they are of limited value when it

comes to optimizing efficiency and RF output power per-

formance. To cope with this difficulty, methods [1], [2]

based on so-called large-signal device S-parameters have

been proposed. The large-signal S-parameters provide a

linearized description of fundamental frequency device–

circuit interaction at elevated drive levels for device

terminating impedances in the vicinity of those prevailing

during measurement (typically 50 0). The amount of error

inherent in the approximation becomes increasingly signifi-

cant, the further the actual terminations deviate from their

50-L? reference value. This is easily visualized with the help

of a simple device model containing third-order nonlineari-

ties [3]. In a practical oscillator design, where there are no

predetermined bounds on the values the actual terminating

impedances can assume, the viability of the large-signal

S-parameter approach thus becomes questionable.
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Fig. 1. GaAs FET oscillator.
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Recently, a new method [4], [5] has been outlined ‘which

is aimed at overcoming previous limitations. It relies on a

large-signal device model for de-embedding the dominant

nonlinearities, leading to an exceptionally simple formula-

tion of the optimum conditions for oscillation, while

maintaining accuracy in predicting large-signal oscillator

performance. This paper presents a comprehensive descrip-

tion of the technique and its experimental verification,

supplying the details necessary to apply the method and to

judge its reliability in assessing large-signal oscillator be-

havior. The general design approach for fixed-frequency

oscillators is discussed in Section II, followed by the ex-

perimental verification thereof with a 17-GHz oscillator

circuit in Section III. The application of the technique to

voltage-controlled oscillators is described in Section IV,

with an example of a VCO, tunable from 7.4 to 13.1 GHz,

presented in Section V.

II. DESIGN OF FIXED-FREQUENCY OSCILLATORS

A. Basic Requirements for Achieving Optimum Oscillator

Performance

The task of designing a transistor oscillator may be

portrayed as that of synthesizing a three-port lossless cou-

pling network (Fig. 1) which 1) yields a single stable state

of oscillation, and 2) delivers maximum RF output power

to an external (50-0) load for given bias conditions.

Approaches for satisfying the first constraint are rela-

tively straightforward and are primarily concerned with

parasitic oscillations and hysteresis effects. Spurious oscil-
lations caused by parametric phenomena are normally

absent in GaAs FET circuits, due to the dominance of

resistive-type nonlinearities in the device. Consequently,

states of oscillation and potential hysteresis effects can be

checked out in the frequency domain [6] by recording
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Fig. 2. Measured and approximated saturation characteristics for a
single cell of an Avantelc M 110 GaAs FET at 8.5 GHz. _

measured. ---- approximation (3). — .— .— approximation (4).

series and parallel system resonances under small-signal

conditions, and then determining which of them—besides

the one associated with the principal state of oscillation—

might cause trouble. A conservative assessment is often

appropriate in anticipation of circuit tolerances and spreads

in device characteristics.

An obvious precaution is to choose coupling network

configurations with minimum complexity in order to avoid,

a priori, unnecessary resonances. This pertains especially to

ones close to the principal frequency of oscillation~. To

suppress parasitic oscillations more remote from the prin-

cipal frequency, additional stabilizing elements might be

required. In single-frequency oscillators this can normally

be achieved by augmenting the bias circuitry with lumped

RLC elements, strategically placed so as not to interfere

with RF output power performance.

Measures directed at satisfying the second constraint on

the three-port coupling network (maximizing output power)

are more complex and are the main topic of this paper. The

general problem is to derive a systematic procedure for

‘defining and implementing the optimum device terminat-

ing impedances and drain-to-gate feedback that prclduce

maximum RF output power, PIOa~,while oscillating at only

one frequency. For a lossless coupling network

‘load(@O)=max{P~( ~~, @O)–P~(oO)} (1)

with P~ the RF power delivered by the transistor to its

drain termination (Fig. 1), and P~ the power fed back into

the gate port of the device to sustain oscillation at the

angular frequency U.. With reference to the basic oscilla-

tion requirement for establishing resonance at do, funda-

mental frequency large-signal conjugate matching conditions

at both ports of the device are hereby implied for every

pair of values ( P~, P~). Equivalent to (1) is the familiar
condition

i3PD(PG , u)

ap~(u) ~=uo=l”
(2)

To find the solution satisfying (2), the device saturation

characteristics PJ P~, U.) must first be determined. The

most direct approach is to acquire the data through mea-

surement. This is a straightforward but relatively incon-

venient task, provided a large-signal setup is available. In

an attempt to circumvent the inconvenience associated

with such measurements, the use of suitable approxima-

tions will be explored in this paper for describing

saturation characteristics and determining optimum load

conditions.

B. Empirical Description of Device Nonlinear

Characteristics

With respect to the saturation function PJP~, Wo) two

analytical approximations proposed in the recent literature

[7], [2] are --

( 1 1

)

–1

PD(@o ) = +~

‘GAP D max

(3)

{( ‘G(UO)
PJtio)=P~~,X. l–exp –r(uo). r

)}
(4)

D max

with P~ ~~X the maximum achievable saturated output

power for given bias conditions, and ~ the small-signal

maximum available power gain for the device in common

source configuration. (Throughout this paper, the tilde is

used to mark small-signal quantities.) As an illustrative

example, Fig. 2 compares measured characteristics with

those predicted from (3) and (4) for the O.S-pm Avantek

device used in experimental circuits described later on. The

values provided by (4) are especially attractive, exhibiting a

maximum deviation of less than 0.5 dB across the entire

dynamic range. Equally good agreement has also been

observed with devices from other manufacturers, such as

with Texas Instruments 1.O-pm and 1.7-P m gate length

devices [8], suggesting a more general applicability of (4) to
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Fig. 3. Oscillator circuit with model of GaAs FET and two-port proto-

type of three-port coupting network.

GaAs FET’s as a whole. Hence, (4) has been adopted as a

viable approximation for use with in the present approach.

With ~(00) and P~ ~,, parameters that can easily be
determined, (2) and (4) lead to explicit optimum solutions

for P~( UO) and P~(uO) [2], included for later reference:

(’-m-d)1
pDOpt(@o)=pDrnax” -

in F( Wo)
PGopt(uo) =P~max” *, \ .

(5)

(6)
l\l.d~)

Large-signal conjugate matching conditions at the device

ports are assumed in these solutions, but the actual values

of the corresponding device terminating impedances still

remain undefined. In an effort to bypass large-signal mea-

surements altogether, it would be desirable if the m@sing

information could be acquired, again, through the use of

empirical approximations. Unfortunately, this is not as

easily accomplished as in the case of the power saturation

characteristics, where the phase of the signal is not a

primary concern. The problem arises from the device

parasitic obscuring the intrinsic nonlinear mechanisms in

a way which complicates the circuit design and is different

for each individual device. The difficulty is resolved by

employing a large-signal model to de-embed the intrinsic

nonlinearities, resulting in an exceptionally simple com-

posite solution to both the large-signal impedance question

and the previous optimum feedback problem.

Due to the similarity between nonlinear device operation

in power amplifiers and in oscillators, the results obtained

in previous amplifier-oriented studies [8], [9] become appli-

cable to the present design effort as well. The model used

here, as depicted in the boxed-in portion of Fig. 3, recog-

nizes only nonlinearities associated with the transconduc-

tance GM and the output resistor Ro. These two elements

produce the nonlinear fundamental-frequency effects of

practical significance. Comprehensive verification of this

claim has been provided in [8] based on demonstrated

agreement between measurements and model predictions

involving three different device geometries.

The values of the linear model elements and the small-

signal values of the nonlinear elements are derived from

measured small-signal S-parameters using familiar curve-

fitting techniques. The model topology in Fig. 3 is, thereby,

somewhat more elaborate than is generally required in
amplifier applications. The additional complexity stems

from the need to more readily distinguish between individ-

ual parasitic contributions when the device is used in a

295

configuration that differs from the one employed during

initial experimental device characterization. Section V pre-

sents an example of such a situation, where a common-drain

VCO design is based on a model derived from conven-

tional common-source data.

The main issue is, of course, the assessment of the

large-signal behaviors of the nonlinear elements and find-

ing their optimum operating conditions. According to the

model definition [8], [9], the instantaneous values for GM

and R ~ can be described as time-invariant functions of the

voltage across the intrinsic gate capacitor and the voltage

across the intrinsic drain-source terminals. With reference

to Fig. 3, it thus follows that the mode of oscillation is

uniquely determined by three basic parameters, namely the

fundamental frequency Fourier components of the two
voltages, V, and Vz, and the intrinsic load impedance Z~~.

By relying on these as principal design variables, the opti-

mum gate-to-drain feedback and optimum load conditions,

discussed earlier in terms of device-external power and

impedance parameters, lend themselves to a particularly

simple and coherent formulation.

C. Optimum Intrinsic Load Impedance

Due to the characteristics of the governing nonlinear

mechanisms, the solutions for VI, Vz, and Z~~ are all

interrelated and, in principle, cannot be sought indepen-

dently from one another. Nevertheless, it has been found

that an independent approximation can be employed suc-

cessfully in the case of Z“L without introducing errors of

practical significance. The approximation is based on the

observation that both nonlinear model elements are resis-

tive in nature and that, hence; the fundamental frequency

current l~o~ (Fig. 3) through their parallel combination
must be exactly out of angular phase with V2, the voltage

across them. To satisfy the resonance requirement at the

oscillating frequency 00, noting that Z~~ includes the

drain-source capacitance of the device

Im{Z.,(uo)}=O. (7)

The functional relationship between the instantaneous

value of Z~o~ and the instantaneous values of VI and V2

fully define the combined nonlinear properties of GM and
Ro. This relationship, when plotted, establishes what has

been termed the “dynamic 1–V-characteristics” of the in-

trinsic device [9]. With regard to these characteristics,
which are symbolically represented in Fig. 4, Z~~( U. ) can

be interpreted as describing a resistive load line in accor-

dance with (7). At low drive levels the optimum value of
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Fig. 4. Large-signal versus small-signal load lines in the IGo~ – V2 plane.

Z~~( UO) is equal to the small-signal value of Ro. This

value is implicitly used in designs that rely entirely on

small-signal device information. The optimum large-signal

solution is determined by the value Z~~( COO)=R ~LOPt which

‘ maximizes the available power at the drain-source port of

the device for a given amplitude of V,. As visualized in Fig.

4, large-signal and small-signal solutions are expected to

differ considerably. It is also readily apparent that imple-

menting a resistive value for Z~~( tio ) automatically leads

to conjugately matched external device ports as prescribed

by the resonance condition.

The optimum load-line resistance R ~LOP, is a function of

drive level. but asymptotically approaches a limit value as

the device is driven into saturation. The actual drive level is

determined by (2) and typically requires device operation

at around 2 to 3 dB of gain compression. The optimum

load line under these conditions turns out to be very close

to the limit case, suggesting the use of this limit value as an

approximation to R ~~OPt.

For given bias voltages, the limit value corresponds to

the load line that yields the maximum product of current

swing times voltage swing in the dynamic lCOM – Pj plane,

with V, varying between the bounds determined by pinch-

off and gate forward conduction (Fig. 4). Simple graphical

means can be applied to find the asymptotic load line,

provided the bounding forward conduction I~oM – V2 curve

is known. This curve could be acquired with the quasi-static

modeling technique [9], based on four or five small-signal

device S-parameter measurements at selected bias-voltage

combinations. The approach pursued here, though, is to

establish an estimate derived from 1) the measured static

device Z~~ –V~~ characteristics, 2) the similarity between

these and the dynamic characteristics [9], and 3) the knowl-

edge of the small-signal values of the resistive model ele-
ments at the nominal bias point. The errors experienced

when relying on this estimate for determining the asymp-

totic load-line impedance prove to be relatively insignifi-

cant when compared to uncertainties arising from typical

spread in device characteristics. This assertion is supported

by both of the oscillator examples investigated in detail

later, whose designs rely on this approximation.

D. Optimum Intrinsic Voltage Feedback Conditions

The next step is to derive optimum values for VI and V2,

v 1opt and V2 opt ~
that satisfy the feedback condition (2).

This is accomplished by relying on the solutions (5) and (6)

given in terms of device-external power levels and relating

these to the intrinsic voltage variables VI and V2. As for the

conditions at the conjugately matched drain port of the

device (Fig. 1), the optimum power level l’~OP, to be

substituted into (5) can be written as

lJ’L@(%)12
PDopt(tJo)=y. R .

LLopt
(8)

The proportionality factor y can be estimated based on

knowledge of the small-signal model parameters. Neglect-

ing drain-to-gate feedback yields (Fig. 3)

R LLopt –R~–R~
Yw

R LLopt
(9)

as a viable working assumption. The saturated value of

P~OPt(uo) is determined by Vz ~,X, the square-wave peak-

to-peak voltage swing of Vz along the R~Lopt load line as
constrained by pinch-off and forward conduction of the

Schottky barrier:

V;max
P #y”$~.

LLo@
(lo)

Device–circuit interaction at the gate port is known to

be essentially power-independent, leading to a proportion-

ality between PGOpt and IVI opt \ 2 analogous to (8). Although

the exact relationship can, of course, be calculated in a

straightforward way from the small-signal device model, it

can also be approximated, for practical purposes, by

(11)

with ~~ and R ~ the previously determined small-signal

values for transconductance and drain-source resistance,
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respectively (Fig. 3). Substituting (8), (10), and (11) into (5)

and (6), while also taking the time-delay ~ (Fig. 3) into

account, yields

and

J2
~ j’+:’’”p’.&FJJv,opt(+7.v2max.+.

o“ “opt

(13)

whereby the phase angle of VI ~Pt has arbitrarily been set

equal to zero. These solutions are implicitly based on the

interrelationship between V, and V2, represented by

lv21=G’2max
!7

(14)

It is noted that this postulated expression is independent of

device parasitic effects, unlike the approximation (4) which

(14) replaces.

E. Synthesis >f Optimum Coupling Network

Once the values of ZL~, V,, and Vz have been defined in

accordance with the preceding outline, the device-external

voltages and currents V~, V~, 1~, and 1~, are fixed. Their

values can be calculated from the model by way of a

sequence of simple variable substitutions into Kirchhoff

equations. The model topology permits these substitutions

to be carried out without the need for an explicit matrix

inversion. Assuming, again, the coupling network in Fig. 1

to be lossless, the power delivered to the 50-fi external load

then follows from (1), noting the current direction conven-

tion used in Fig. 3

PIO,~(tiO)=Re {V~(tiO) .I~(~O)} +Re{V~(~O) ”I:(uO)}.

(15)

Due to having neglected, in effect, parasitic feedback inter-

nal to the device when deriving (12) and (13), expression

(15) will give a value for PIO,~ that falls slightly short of the

actual maximum. The deviation is typically of the order of

0.5 dB. The true optimum can be sought by repeating the

evaluation of (15) for a series of perturbed values of V, ~Pt

and V20Pt consistent with (14). This simple iterative proce-

dure was used in both of the oscillator examples to be

discussed.

The next step is to derive coupling network configura-

tions that satisfy the boundary conditions specified in

terms of the prescribed voltages and currents at the exter-

nal device ports. Minimum complexit y“ networks that pro-

vide the required four degrees of freedom contain three

TABLE I
PROTOTYPEELEMENTVALUESFORT-CONFIGURATION

CASE

R.{%} = Re{ZS} =0

R. {%} =R, {ZP} = 0

R. {2s} = R, {Z~} = O

ZG

j R, {VG (~ + 1;)}

MI {1; ID}

j R. {10 (V; - V;)}

Inl (Ic 1;}

%

~ Re {vG 1~}

Inl {~ 1;}

v= - ZG lG

[G + ID

~ R, {VD 1;}

Im {ID 16}

, R, {lG (V; - V;)}

Im {10 1:}

, Re {VD (1; + 1;)}

Im {1; IG}

TABLE II
PROTOTYPE ELEMENT VALUES FOR II-CONFIGURATION

rCASE

R, {YGS} = R. {Yco} = O

Re{YcS} = Re (Ym} = O

Re {YGD) = Re {Ym} = O

% ‘GD

L
jR. {IG (V; - V;)} ~ Re {Ic V;}

Im {v: VD} 1111{v; VD}

M {V. (1; + I&)) YG~ VG – lG

hi+ {v; VD} vD-vG–

lG

()

‘D _, , Re {ID V;}
—+ YGD. —
VG Vo h {v; VG}

++ Y’”(5-’)
R, {VG (1; + 1;)}

i
Im {v; VG}

J
Re {ID (V; - V;)}

Im {v; VG}

lumped circuit elements in the form of two reactance and

one (lossy) complex element. The elements can be arranged

either in a T- or a II-configuration, thereby defining a

two-port prototype of the actual three-port coupling net-
work. An example of a T-configuration is indicated in Fig.

3. The lossy element, which implicitly accounts for the

external 50-f2 load in the actual circuit, can in principle

occupy any one of the three possible locations in either of

the prototype circuits. The resulting generality permits

essentially all oscillator design alternatives of practical

interest to be treated in a simple unified way. Also, it

should be noted that the approach can easily be adapted to

include configurations which do not fit the basic T or II

format.

The actual choice between T- or II-configuration is pri-

marily determined by the necessity to minimize the number

of resonances in the vicinity of UO in order to avoid

parasitic oscillation effects. The choice is particularly cru-

cial in broad-band VCO designs. For gate and drain oper-

ating near series resonance, for instance, the series-element

T-configuration is generally preferred. This situation nor-

mally occurs when using devices in chip form. The decision

of where to position the lossy element within the chosen

topology is guided by physical realizability considerations.

The decision process is aided by the ease with which the

method allows the possible alternatives to be evaluated and

their individual merits to be compared. The expressions for

calculating the prototype element values from the optimum

values for V~, VG, Z~, and lG (Fig. 5) are summarized in

Tables I and 11.

The final step in the design procedure is the physical

implementation of the prototype network. This step is

simple in a lumped-element design as might be requii-ed for

monolithic realization. The next section shows an example

of a distributed implementation, while’ a semilumped cir-

cuit is discussed in Section V.
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Fig. 5. The two basic protot~e topologies.

Fig. 6. Experimental 17-GHz GaAs FET oscillator with distributed
element coupling network.

‘Load

Fig. 7. Equivalent circuit of distributed 17-GHz coupling network

III. A 17-GHz FIXED-FREQUENCY OSCILLATOR EXAMPLE

To demonstrate the viability of the technique, the de-

scribed procedure has been applied to the design of a

17-GHz fixed-frequency oscillator. Its distributed element

implementation, realized as a coupled-line microstrip cir-

cuit on a 0.25-mm Duroid substrate, is depicted in Fig. 6.
The design is based on a T-prototype with the load element

in series with the drain lead of the device. The T-

configuration is evident from the equivalent distributed

circuit of the coupling network shown in Fig. 7, in which

inductors and capacitors symbolize short-circuited and

open-circuited stubs of electrical lengths 01 and 62, respec-

tively, in accordance with the notation introduced by

Wenzel [10]. The distributed design offers more degrees of

freedom than are actually required. This flexibility can be

utilized to accommodate physical realizability constraints

without adding new undesirable system resonances in the

vicinity of the oscillating frequency.

The device employed in the circuit is a single cell of an

Avantek M 110 device [11] having a 0.5-pm X 375-pm gate

geometry. With the transistor biased for operation at a

drain-source voltage of 4 V and a drain current of 0.6” 1~~~,

the design theory estimates the 17-GHz RF output power

from the oscillator at 18 dBm, based on an optimum
intrinsic load-line resistance R ~LOpt =50 !d. The estimate is

in close agreement with the measured performance of the

actual oscillator, yielding a maximum of 17.5 dBm of

output power with 21-percent efficiency at a drain-source ~

bias voltage of 3.8 V. By lowering the voltage to 3.0 V the

efficiency increased to 25 percent while the output power

dropped to 16.5 dBm. As predicted, the frequency selectiv-

ity of the distributed coup]ing network, in conjunction with

two supplementary RC damping elements added to the
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gate and drain bias circuits, effectively suppressed all

parasitic oscillations.

IV. DESIGN OF VOLTAGE-CONTROLLED

OSCILLATORS

The optimum design of a voltage-controlled oscillator

involves meeting the criteria developed in Section II at

each tuned oscillating frequency within the band of inter-

est. This leads, in terms of prototype circuit elements, to

uniquely prescribed frequency responses of their imped-

ance values. The individual impedance functions are

determined. through repeated implementation of the

fixed-frequency procedure for a representative set of

frequency samples covering the anticipated tuning band-

width. The choice of prototype configuration warrants

particular scrutiny. This choice becomes crucial in wide-

band applications where it is important to rule out in-band

antiresonances that could introduce frequency jumping

and hysteresis effects in the tuning characteristics. Equal

care must be devoted, of course, to preserving essential

prototype characteristics during the physical implementa-

tion of the oscillator circuit.

Independent of prototype configuration, the required

frequency responses of the two prototype reactance gener-

ally exhibit negative slopes, Voltage-controlled elements,

such as varactors or YIG-devices, are hence needed to

satisfy the reactance requirements. For the sake of simplic-

ity, the present discussion concentrates on varactor-tuned

circuits for situations where frequency agility is essential,

although the approach can be applied just as easily to the

design of YIG-tuned oscillators. For both types of tuning it

is important to note that optimum exploitation of transis-

tor power-bandwidth capabilities will normally call for two

separate tuning elements. This is illustrated with the VCO

example detailed in Section V which demonstrates that

substantial performance degradation results if’ tuning is

confined to merely one circuit element.

The tuning bandwidth achievable with a specific transis-

tor is primarily determined by the ranges of reactance

values that can be spanned for given maximum varactor

capacitance variation, and by the constraints associated

with the physical implementation of the lossy load-related

prototype element. An obvious approach to realizing the

load element is to synthesize its prescribed optimum im-

pedance function as the driving point impedance of a

lossless two-port network terminated in the external 50-fl

load resistor. This problem can be solved with conven-

tional matching techniques. As for the tuning reactance,

they should preferably be implemented in lumped-element

form ‘to preserve bandwidth. In practice this is accom-

plished by using lengths of bond wire or other types of

lumped inductors to resonate varactor capacitances. The

combination of varactor and inductor(s) is chosen so that

the total reactance XT( COO)exhibits smooth tunability within

the frequency tuning” interval ULs U. s QH in accordance

with the range of reactance values specified by the proto-

type. In realizing a series connected prototype reactance,

augmentation of the varactor with a series inductor will

normally be called for, with the dual thereof applying to a

i c&LA‘oLA
A A A

(a) (b) (c)

Fig. 8. Lumped-element realizations of varactor-tuned reactance.

parallel connected prototype element. Three examples are

illustrated in Fig. 8, in each of which LA represents the

external inductor and LB accounts for an assumed fixed

minimum lead inductance associated with the varactor

chip. For calculation purposes, it is easiest to lump varac-

tor losses with the transistor part of the circuit. With a

maximum achievable varactor capacitance ratio pm,, =

c ~max/cvmin, and specified limit values X~(QJ and
X~(aH), the inductor LA, and the relationship between
varactor capacitance Cv and angular oscillating frequency

tio for the series type circuit in Fig. 8(a) must be chosen

according to

@L.pmax.xT(uL)–uH, xT(@H)
LA=

~L”@H”((@L”Pmax/@H)-(~H/@L))‘LB>O
(16)

C“((.)o)=
uO.(aO.LA+u:.LB –XT(aO))’

uL<uo <@H. (17)

The analogous expressions for the parallel resonated circuit

in Fig. 8(b) are

(%”Pmax/%l)-(%l/%)
‘A=(tiH/(xT(~L)-~LLB))-(~L.~max/(x~(~~)-~~.L,))

>() (18)

1’

(

1 1
cv(~o)=~. XT(tio)-tio. L,B +—

)UO.LA ‘

UL<OO< OH. (19)

For the circuit in Fig. 8(c) one obtains

(
–1

C+o)=+ c’)o.’I’B– )(lvw%))hoo”u)‘

with

1

{

‘L ‘H 1

‘=7” X~(tiL) + X~(aH) – LB-1

WL . (JH 1——‘= &(@L)-&(LJH) ‘B

(@?f/XT(@L)) - (@L” %nax/xT(@H))

(WH/WL)–(WLoPm, x/wH) “
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Naturally, situations also arise where ( 16)–(21) indicate the

need for supplementing the varactor with a capacitor rather

than an inductor. The net effect is to reduce the actual

capacitance variation. The simplest solution involves relax-

ing the requirements on p~aX by utilizing only part of the

total available capacitance variation p according to

OJH.(XT(CIJH)-UH. LB)

‘= C+,.(XT(UL)-CJL.LB) ‘pm”
(22)

and

CV(6)O)=
1

a~ <tio ==tiH.
uo. (coo.LB-xT(@o)) ‘

(23)

In assessing the limitations associated with the varactors

it should be observed that RF varactor voltage swings in

practical oscillator circuits can be quite large. It is thus

essential to adequately account for the large-signal varactor

properties, which can be accomplished through direct

large-signal impedance measurements [12]. The chief con-

sequence of elevated RF drive is to lower the effective

varactor capacitance value and to increase losses, whereby

the discrepancies between small-signal and large-signal val-

ues are most apparent for bias voltages at which the RF

voltage starts swinging into the forward bias region. When

compared to predictions based solely on small-signal

varactor characteristics supplied by the manufacturer, this

translates into reduced tuning bandwidth, particularly at

the low end.

The optimum RF power level achievable for each

frequency setting decreases with increasing frequency due

to transistor gain rolloff. However, if merely an overall

lower limit on output power is specified, it is possible to

trade excess power available at the lower frequencies against

additional bandwidth and relaxed physical realization con-

straints. This can be accomplished by allowing both the

intrinsic load-line resistance and the intrinsic voltage

feedback ratios to deviate from their respective calculated

optimum values R ~~opt and V2~Pt(00 )\ VI ~Pt(@o), @L< @o

s u~. A numerical optimization scheme analogous to the

one applied to the design of a negative resistance VCO [13]

can be employed to assist in the tradeoff evaluation. This

approach has not been pursued in the present investiga-

tion. Rather, the example described in the following sec-

tion illustrates how possible tradeoffs can be assessed and
implemented without the need for sophisticated computa-

tional tools.

V. EXAMPLE OF A BROAD-BAND VARACTOR-TUNED

OSCILLATOR

The goal set for this example was to achieve a flat output

power response over the frequency range from 8.0 to 12.0

GHz utilizing the 750-~m total gate width of the two-cell

0.5-pm gate-length Avantek device [ 11]. Both T- and II-type

configurations were investigated, applying the procedure

outlined in the previous section. All II-type solutions dis-

qualified themselves because of in-band antiresonances.

#-”l

Fig, 9. Schematic of broad-band tunable oscillator circuit

The T-configuration with the load-element in series with

the gate of the device was also discarded due to severe

tuning bandwidth limitations dictated by the pertinent

realizability constraints. Between the two remaining feasi-

ble T-type alternatives the one with the load element in

series with the drain lead appeared most attractive.

A schematic of the chosen overall circuit concept is

shown in Fig. 9. The prototype load element is synthesized

as a cascade of three transmission line elements terminated

in 50 L?. The drain of the device is grounded to facilitate

realization in microstrip. Each of the two tuning elements

contains a series combination of two individual varactors,

in order to use commercially available Microwave Associ-

ates MA 46629 hyperabrupt varactor chips and still achieve

the low capacitance values associated with wide-band tuna-

bility. To preserve bandwidth, lumped inductors are em-

ployed, implemented in the form of interconnecting bond

wires.
Designing an oscillator to maintain the optimum intrin-

sic load impedance R ~L opt at all frequencies within the

band can be accomplished, as discussed previously, by

calculating the corresponding prototype element imped-

ance responses and correlating them with physical realiz-

ability. If tradeoffs are to be considered, the calculations

must be re~eated for a representative number of values of

RLL ~RLLopt and v2/vl < v20pt /vl .,t. The compilation
of the data can be accomphshed very efficiently due to the

simplicity of the individual analyses. A set of mutually

compatible solutions is then chosen from the data so as to

establish prototype frequency characteristics in accordance
with the tradeoff objectives. For a given prototype config-

uration and given technological limits on minimum varac-

tor size, tradeoffs involving the physical implementation of

the load element are generally the primary contributors to

design flexibility. To illustrate this, the prototype load

element impedance for the present VCO example has been

plotted in Fig. 10(a) and 10(b) as a function of frequency F
and intrinsic load-line resistance R ~L for two specific val-

ues of V2/ V,. The response yielding maximum RF power

at each frequency setting corresponds to the locus for

R =R =30 Q in Fig. 10(b). Also indicated in Fig.

10~b) is t~e”;ore readily implemented characteristic labeled

Z~ which represents the driving point impedance of the
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Fig. 10. Prototype load impedance Z~, normalized to ZO= 10 Q, as a
function of frequency F and load-line resistanceR ~L. (a) V2/ V, ==

.0.8. V2,JV10pt. (b) v2/vi = v2c,pt/vlopt,

Fig. 1I. Varactor-tuned 7.4- to 13.1 -GHz GaAs FET oscillator.
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Fig. 12. Close-up view of transistor and dual tuning arrangement.

cascaded transmission line structure indicated in Fig. 9.

Improved realizability was achieved through sacrifice of

only O.5 dB in minimum output power, while flattening the

output power versus frequency response at the same time.

The actual oscillator circuit, built on a 0.25-mm Duroid

substrate, is depicted in Fig. 11. A close-up view of the

immediate vicinity of the transistor and the tuning arrange-

ment is given in Fig. 12. The miniature 0.3-mm diameter

choke coils, consisting of ten turns of 25-pm diameter gold

wire, supply the bias voltages to the transistor and the

varactors. The coils are connected to RF short-circuited

high impedance quarter-wavelength stubs to form a broad-

band composite bias circuit. Effective in-band safeguarding

against spurious oscillations is accomplished by adding a

SO-Q resistor in parallel with the bias chokes at gate and

source.

The oscillator design is based on a conservative maxi-
mum capacitance ratio Cv~,X/Cv~in of 6:1. The reason

for this conservative assumption was to provide enough

built-in latitude in order to obtain the specified 8.0- to

12.O-GHZ bandwidth without involving post-design tweak-

ing of the circuit. (This would have called for replacing

bond wires which was judged impractical.) The capacitance

ratios of the actual varactors used were in excess of 6:1,

providing a larger tuning interval than initially specified,

namely from 7.4 to 13.1 GHz. Measured and predicted RF

output power responses are given in Fig. 13, together with

the associated gate and source varactor tuning voltages Vv~

and VvS, respectively. The agreement between experiment
and prediction is judged to be well within the range of

uncertainty determined by spread in device characteristics

and circuit tolerances.

The main purpose of the example has been to verify the

viability of the design technique rather than to demon-

strate, for instance, maximum bandwidth capabilities. It

was noted, however, that disconnecting the two 50-0 stabi-
lizing resistors increased the tuning range by an additional

500 MHz. This did not impair smooth tunability as long as

the varactor bias voltages tracked monotonically according

to Fig. 13. However, unlike the situation with the stabiliz-

ing resistors in place, the signal exhibited a tendency to

“break up” at midband frequencies when the tracking

criterion was relaxed.

The present technique is based on the observation that
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Fig. 13. Measured and predicted RF output power performance, to-

gether with associated gate and source varactor t@ng voltages VVG and

P’vS, respectively.

vv~=llv

VI

\

vv~ = 5V
/

10

/

vv~ (v”~ = 5V)

{

\

\
VVG wv~= llV)

FREQUENCY (GHzI

Fig. 14. Measured tuning characteristics for fixed values of source

varactor tuning voltage P’vS.

two independent tuning elements are needed to obtain

optimum performance with a given transistor. In order to

assess the actual impact of the approach described here, a

conventional single element tuning arrangement was simu-

lated by holding Vv~ fixed, while varying only the more

frequency sensitive gate varactor bias voltage Vv~. Fig. 14

shows the tuning characteristics of the oscillator with the

source varactor biased at Vv~ = 5 V and Vv~ = 11 V, re-

spectively. The bandwidth in the latter case spanned 8.6 to

13.0 GHz, representing the maximum frequency range ob-

tainable when restricted to tuning only at the gate. Thus, in

this particular experiment, using two tuning elements as
opposed to one leads to an increase in bandwidth of 30

percent. Even though this remains an isolated test example,

it nevertheless provides insight into the practical signifi-

cance of the role played by the second tuning element.

VI. CONCLUSIONS

A generalized approach to designing GaAs FET oscilla-

tors has been described. Among the distinguishing features

are its reliability in predicting large-signal oscillator

performance and the underlying simplicity of the overall

procedure. The crux of the method is to de-embed the

nonlinearities of the transistor with the help of a circuit-type

model, leading to a concise formulation of optimum oscil-

lating conditions in terms of intrinsic voltage and current
variables. It has been demons@ated that the essential infor-

mation regarding device nonlinearities can be adequately
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reconstructed, for practical purposes, from the static 1~~ –

V~~ curves and the small-signal model of the device. This

provides an attractive alternative to deriving the informa-

tion from actual large-signal measurements. The technique

has been successfully applied to the design of a fixed-

frequency and a broad-band varactor-tuned oscillator,

yielding good agreement between predictions and experi-

ments. In the case of the varactor-tuned circuit it has been

shown, in particular, that two independent tuning elements

are indeed essential if the power-bandwidth capabilities of

the transistor are to be fully exploited, whereby the same

arguments apply to YIG-tuned circuits.
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1O-GHZ 1O-W Internally Matched Flip-Chip
GaAs Power FET’s

YASUO MITSUI, MICHIHIRO KOBIKI. MANABU WATAZE, KAZUAKI SEGAWA,

MUTSUYUKI OTSUBU, AND TAKASHI ISHII

A bstract— A newly developed internally matched configuration for a

flip-chip GaAs power field effect transistor is presented. In this structure,

gate and drain electrodes of the FET chips are directly connected to the

lumped dielectric capacitors in the matching networks by thermocompres-

sion bonding using no wire. A power output of 10 W with 3-dB gain and a

power added efficiency as high as 14 percent has been realized at 10 GHz.
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I. INTRODUCTION

R ECENT advances in GaAs field effect transistor

technology have steadily improved the power output

and power gain capabilities of the device over the frequency

range from S- to Ku-band [I]. Nowadays, solid-state power

GaAs FET amplifiers are extensively used in telecommuni-

cation and phased array radar systems [2], [3]. High power

output levels in the X-band frequency range are demanded

for these applications.

For obtaining higher power output, various types of
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